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Abstract- In this paper, we present a highly efficient and
compact voltage doubler based on a resonant S'\\itched-capacitor
converter implemented with GaN FF.Ts. Two possible approad1es
for its implementation are analy:red and compared. In the first
approach, the resonant inductor is placed in series with a
resonant capacitor, conducting a sinusoidal current, while in the
second, it is placed in series with the input source, conducting
rectified sinusoidal current Roth resonant converters have the
same voltage gain, and although the change in the position of
the resonant inductor is, at the first glance, of minor importance,
the analysis and results show that it has huge impact on the
capability to achieve zero-voltage switching (ZVS) transitions at
low output power. The experimental results dearly show that
at low loads when the resonant inductor is in series with the
resonant capacitor, the S'\\itching frequency can be significantly
higher than the resonant frequency and that it is, practically,
impossible to achieve ZVS transitions, forcing the implementation
of cycle skipping. The prototype implemented for the experiments
can provide up to 4.5-kW losing between 20 and 22 W. In the case
of tight load (500 W), the power losses were only 2-3 W. Its power
density ls higher than 6S kW/dm3 . The same resonant converter
was tested '\\ith Si CoolMOS devices as well and the impact of
the semiconductor tedmology on the overall power losses was
verified. Due to higher Coss capacitance, the Si-based converter
has 40% higher power losses at full power than its GaN-based
counterpart. The components of the GaN-based converter occupy
only 65 cm3 , which opens a possibility to obtain a design '\\ith
extremely high power density.
Index Ten11s- Resonant converters, switched capacitors, zero
voltage S'\\itching (ZVS).
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I. INTRODUCTION

OWER conversion systems can generally be grouped into
single-stage architectures and multistage architectures.
Although the multistage architectures are usually costly and
more complex, they are used in the cases when the single
stage approach cannot achieve high performance, while meet
ing requirements such as wide operating range, high power
density, and efficiency. In a multistage approach each part of
the system is optimally designed to address one part of the
desired requirements. R ecently, this approach has been applied
to achieve highly compact and dense solutions, decreasing

the size of the passive components [l]-[3]. What is common
in the recently presented works, it is that the first stage is
based on a switched capacitor converter (SCC) and, normally,
this stage is usually employed to provide multiple voltage
levels in an efficient way. Using multilevel converters, the sire
and power losses of magnetic components, inductors and
transformers, the most bulky components, in de -c converters,
are decreased.
SCCs have been used as a simple and low cost de -c
converter in low-power applications [4)-(6). These converters
normally operate with fixed voltage gains but with extremely
high efficiency. In addition, due to the lack of magnetic com
ponents, they occupy very small wlumes obtaining ultrahigh
power densities. Nevertheless, one of the important issues of
these converters is the switching losses, especially if the load
power reaches kilowatt levels. In order to avoid high switching
losses, a resonant inductor is combined with the "flying"
capacitor, producing resonance, and by correct timing of the
transistor control signals, it is possible to obtain soft-switching
transitions, rero voltage switching (ZVS). As a consequence,
the resonant switched-capacitor converter (RSCC) seems to
be more suitable for a high-power application than the sec
[7)-(10). The resonant inductor is smaller than the induc
tor employed in classical pulsewidth modulation converters
because it does not have to store the energy. A voltage
divider/doubler based on a switching capacitor is a very well
known solution [11), (12), and, in this paper, we present a
compact and ultraefficient voltage doubler and discuss two
possible implementations, depending on the position of the
resonant inductor. The resonant inductor can be placed in
series with the resonant capacitor conducting a sinusoidal
current, or it can be placed between the input source and
middle point of the controllable switches conducting rectified
resonant current (de current) (see Figs. 1 and 2). Both resonant
converters have the same voltage gain, and although the change
in the position of the resonant inductor is, at the first glance,
of minor importance, the analysis and results show that it has
huge impact on the capability to achieve ZVS transitions at low
output power and on the inductor design and power losses. The
analyzed converters were designed for input voltage between
300 and 500 V, providing up to 4.5 kW of output power. In
order to obtain high efficiency, GaN FETs have been used
and the influence of the transistor technology on the converter
design will be discussed. This fixed gain power converter can
be used in applications such as photovoltaic boost converter
where a high-voltage gain and high efficiency in combination

II. O PERATING P RINCIPLE OF THE R ESONANT
S WITCHED -C APACITOR C ONVERTER

Fig. 1.

Fig. 2.

RSCC with an ac resonant inductor.

RSCC with a dc resonant inductor.

with low specific weight is needed. Hybrid converters using
this RSCC in high-power application are previously presented
and explained in [13] and [14], while the analyzed RSCC is
presented in [15] as a part of a hybrid boost rectifier.
Schaef and Stauth [16] and Schaef et al. [17] propose
slightly modified operation of this topology in order to obtain
regulated output voltage, accepting decrement of the efficiency.
They vary the duration of some sections of the switching
period that are used in this paper to obtain ZVS transitions,
in order to control the output voltage in the certain range of
input voltages and loads. In this way, the obtained average
value of the voltage of the resonant tank can be higher
than Vout /2 (boost mode) or lower than Vout /2 (buck mode)
and, thus, the ratio between the input and output voltage
is higher or lower than 2 (the nominal gain). In addition,
the interleaving technique of the basic resonant cell stage
with common dc side inductor is proposed in [17]. However, these details are behind the scope of this paper and
will be considered as a subject of the future work. In this
work, operation with equal voltage distribution among the
dc bus capacitors and constant boosting factor of 2 will be
considered.
In [18] and [19], solutions on similar resonant switchedcapacitor architectures were presented to provide a variable
gain using binary SCC and zero-current switching. Nevertheless, at input voltage levels that are relatively high (350 V),
ZVS is of the outmost importance as it will be shown
later.

Simplified schematic of the RSCC that operates with a
voltage gain of two and its most important waveforms is shown
in Figs. 1 and 2. In the case when the resonant inductor
is placed in series with the resonant capacitor, its current
is purely sinusoidal due to the resonance and due to the
fact that the average value of the capacitor current has to
be zero. In this case, we will denominate as a converter
with ac resonant inductor. The duty cycle of the converter
is, approximately, 50%. During the first half of the switching
cycle, the resonant network is connected to capacitor C2 and
the load current completely flows through C1 . During this
period of time, the resonant capacitor is charged from the input
source. In the second half of the switching cycle, the resonant
network is connected in parallel to C1 and its role is to
compensate the charge taken from C1 in the first half of the
switching period and to provide the load current. Therefore,
we can write the following equations for the C1 current:


T
(1)
i C1 = Io t 0,
2


T
i C1 = Io − I R sin(ωt) t
,T
(2)
2
where I0 is the load current and IR is the amplitude of the
resonant current. As the net charge of this capacitor must
be equal to zero over one switching period by averaging its
current, it is obtained that
I R = π Io .

(3)

If we analyze the current Irect that flows between the
middle point of C1 and C2 and the middle point of Q2
and Q3 , we can conclude that this current has the waveform
of the rectified resonant current. Therefore, if we place the
resonant inductor between these points, the resonance will be
maintained and the circuit will provide output voltage two
times higher than the input just like in the previous case.
In this case, we will denominate as a converter with dc
resonant inductor. Although there is no difference how these
two circuits operate, the inductor displacement produces three
important changes.
The first one is obvious and it is related with the current
through the resonant inductor. The rectified sine wave current
has major part of its spectrum in the dc part; therefore,
it is possible to exploit low dc resistance of the windings
and decrease the power losses in the windings. Nevertheless,
the core losses are influenced by the frequency and amplitude
of the magnetic flux change. The excursion of the magnetic
flux is just one half in comparison with the original design
but double the resonant frequency. This might provoke higher
core losses in the design. The second important change is
the voltage level that turned-off switches must sustain. In the
case of the ac inductor resonant circuit, the switch voltage is
clamped to the input voltage. Nevertheless, in the case of dc
inductor resonant circuit the switches must block voltage of
the flying (resonant) capacitor and it is higher than the input
voltage as this voltage has certain voltage ripple that depends

Fig. 3.

ZVS transition in the case of the RSCC with an ac resonant inductor.

Fig. 4.

ZVS transition in the case of the RSCC with a dc resonant inductor.

on the output power and value of the resonant capacitor. This
might condition the selection of the device if the voltage ripple
is not negligible. The last important change is regarding the
control signals sent to the switches in order to obtain the ZVS
transitions, like it is shown in Figs. 3 and 4.
During this transition, two transistors must be turned off
(Q2 and Q4 ) and two transistors must be turned on (Q1 and
Q3 ). In case of both analyzed converters, the ZVS transition
starts when Q4 turned off. It must be turned off with sufficiently high current level, Iopen , in order to have enough energy
in the resonant inductor to accomplish soft transition. The first
ZVS transition occurs between t1 and t2 in Figs. 3 and 4.
During this time, the resonant current interacts with transistor’s
Coss capacitances, discharging Coss of Q1 and charging Coss of
Q4 in the case of dc resonant inductor and discharging Coss of
Q3 and charging Coss of Q4 in the case of ac resonant inductor.
Afterward, during very short period of time, from t2 to t3 ,
there will be two transistors conducting in both converters and
actually this time period can be skipped, although inherently
will exist due to driver delays during very short moment.
The second ZVS transition occurs from t3 to t4 . During this
time period, the resonant current is rising and becoming more
negative and the energy of the resonant inductor is rising,

facilitating ZVS transition fully charging Coss of Q2 and fully
discharging Coss of Q3 . Until t4 , the resonant current behaves
in the same way in both analyzed converters and in both cases
it will approximately reach the value of

2Vin V0 C0 N
Iclose = −
(4)
L
where N is the number of the transistors in parallel, L is the
value of the resonant inductor, and C0 is the value of Coss
capacitance at low-voltage levels.
After t4 , the resonant current is negative and in the case
of the converter with ac resonant inductor it will decrease,
while in the case of the converter with dc resonant inductor
it will start increasing. This is the key difference between the
analyzed converters as it has a major impact on the switching
frequency. The difference in the switching frequency comes
from a fact that in the case of the dc resonant inductor
the resonant current must change its sign, reach value of
IR1 ≈ π I0 and then fall to Iopen . This lasts very close to a half
of the resonant period. On the other hand, with the ac resonant
inductor, the resonant current decreases to −IR2 ≈ −π I0 and
then rises to −Iopen , like it is shown in Fig. 3. In this case,
the switching period is obviously shorter than the resonant

Fig. 5.

Partial ZVS transition from t1 to t2 .

and it will depend on the value of the load current, i.e., the
difference between −IR and Imin . This difference is shorter as
the load current is decreased and in some extreme cases when
Imin decreases to −IR the switching frequency can be several
times higher than the resonant frequency of the converter.
This means that in the case of the converter with ac resonant
inductor the switching frequency will be load dependent, i.e.,
the lower the load, the higher is the switching frequency, which
leads to high switching losses at light load which is exactly
what should be avoided.
It is important to notice that as there are two transistors
that must be closed during the described transient and that we
need to guarantee that two soft switching events will occur.
The first occurs at the end of period B and the second at the
end of period D. In order to obtain the first soft switched
event, it is of paramount importance to open Q4 with enough
amount of resonant current in the resonant inductor, as the
ZVS transition must finish before the resonant current reaches
zero. On the other hand, the second transition is not a critical
one, as the resonant current starts to rise at the beginning of
period D. Consequently, period B will condition the design of
the resonant inductor and selection of the resonant current that
will be used for the ZVS transition and must be analyzed in
detail as the transistor technology (Si or GaN) will have an
important impact on the design.
In this paper, the analyzed converter can operate up to
1000 V and for this reason the employed devices are rated
for 650 V. Si CoolMOS or GaN FETs could be used, and the
behavior of the converter during the ZVS transition will be
different due to their Coss . For both technologies, especially
for CoolMOS, this capacitance could be modeled with a
piecewise linear characteristic and roughly approximated with
only two values. At low voltages, the capacitance has relatively
high values, while at high voltages, the capacitance is very
low [20], [21]. Due to this nonlinearity, the resonant current
does not have a sinusoidal shape between t1 and t2 , and
Fig. 5 shows more details regarding this transition. Using the
aforementioned simplification of transistor output capacitance,
Coss is modeled as:

C0 , Vds < V0
(5)
Coss =
C1 , Vds > V0

Fig. 6.

Detailed ZVS transition from t1 to t2 .

where C1  C0 . For example, in the case of IPB65R045C7,
rough parameters of this model are:
C0 = 30 nF, C1 = 90 pF, V0 = 20 V
while in the case of GS66516T the values are
C0 = 1 nF, C1 = 150 pF, V0 = 50 V.
Using this approximation for transistor Coss , the time interval B could be divided into three shorter intervals (B1, B2,
and B3) like in Fig. 6. As it can be seen, in the case of the ac
resonant inductor, at the very beginning of the first subinterval,
Q3 withstands the complete input voltage, while Q4 has zero
volts between its drain and source. This means that Q3 should
be modeled as a small capacitance C1 , while Q4 as a big
capacitance C0 .
As C1  C0 , practically, only C0 will have influence on the
circuit behavior, drain–source voltages will change relatively
slowly until the moment when VDS4 is charged up to V0 .
At this moment, both transistors could be modeled with C1 and
at that moment drain–source voltages start to change rapidly

Fig. 7. Partial ZVS transition in the case of Si CoolMOS transistors due to
high low-voltage Coss .

together with the inductor current. This model is valid until
the moment when Q3 Coss is discharged up to V0 . From that
moment, the circuit model is changed accordingly, Coss3 =
C0 and Coss4 = C1. In other words, Coss4 can be neglected,
and the simplified equivalent circuit is like the one in Fig. 6,
interval B3. This last subinterval B3 rises the problem as the
resonant inductor must discharge Coss3 and, at the same time
it charges the resonant capacitor, as it can be seen in Fig. 6.
During this process, the inductor sustains high reverse voltage
and its current decreases quickly. Ideally, the resonant current
and voltage across Coss3 reach zero at t2 . Nevertheless, in order
to have both conditions fulfilled, the energy in the resonant
inductor at t1 has to be considerably high, especially if there
are several transistors in parallel per switch. If we assume
that the resonant current is changed, practically, linearly from
IL (t = t1B2 ) to zero and that the resonant capacitor is charged
to the input voltage, then, the following relationship can be
obtained:
2Vin C0 V0 = L IL2 (t = t1B2 )

(6)

This simple equation clearly shows the importance of C0 for
this subinterval and the semiconductor technology impact on
ZVS conditions. If we compare IPB65R045C7 and GS66516T,
it is clear that due to C0 difference of 30 times it is easier to
obtain ZVS with GaN than with Si. In order to obtain ZVS
with Si CoolMOS the level of the energy in the resonant inductor must be increased to a sufficient level. This can be obtained
either by increasing the level of the resonant current in the
moment when the ZVS transition is started or by increasing
the value of the inductor. The first approach leads to higher
turn-off losses, while the second one to an unacceptably bulky
inductor. Therefore, in the case of Si CoolMOS, a tradeoff
must be made by performing a “partial ZVS,” i.e., the switch
is closed when the voltage across Coss reaches 20—40 V [22].
In other words, at t2 only the resonant current will reach zero
and Coss3 charge will be discharged through the channel of Q3
producing additional power losses (see Fig. 7), while in the
case of GaN, this is not the case and full ZVS can be reached
without any problems (see Fig. 8). It is interesting to notice
that in both experiments the same resonant inductor was used

Fig. 8.

Full ZVS transition in the case of GaN FETs.

and that Iopen in the case of CoolMOS was 4 A and in the
case of GaN FET only 2 A. If the partial ZVS had not been
applied, an inductance that is, approximately, 30 times bigger
(1.6 mH) or an Iopen of 11 A should have been employed
in the case of CoolMOS which would lead to unacceptable
size or power losses.
As it can be seen from previous explanations, we would
like to have ZVS transitions at all load conditions and this
will have influence on the switching frequency of the analyzed
voltage doubler. In the case of ac resonant circuit, the resonant
current is changing from −Iclose to Iopen (both currents are
approximately 2 A with GaN FETs) and at low loads, the peak
current is comparable with these two values. In other words,
the inductor resonant current is losing its sinusoidal shape
becomes more trapezoidal and the switching frequency is significantly higher than the resonant. This becomes an important
problem, as all the power loss mechanisms dependent on
the switching frequency become very dominant at low loads,
significantly penalizing the converter efficiency. In addition,
the converter cannot operate correctly at no-load conditions. In
the case of dc resonant circuit, this problem is not as dominant
as in the case of ac resonant circuit, as the resonant current
starts with slightly negative value (Iclose ≈ −2 A) and ends
with slightly positive value (Iopen = 2 A).
The switching frequency is, practically, maintained through
complete load range and, even, it is operating at no-load
conditions (as it will be shown later in the experimental
results). Fig. 9 illustrates how the resonant current is behaving
at different loads in the analyzed resonant circuits
One possible solution to tackle the problem of the switching
frequency at light loads in the case of the ac resonant inductor
could be pulse skipping modulation, as shown in Fig. 10.
The main idea is to apply periods of time during which the
resonant inductor will not be used to transfer the charge to
the flying capacitor and to the load. As the total amount
of charge that must be given to the load must remain the
same as before, the amplitude of the resonant current will
increase when the resonant current is activated. In that way,
at low loads the peak of the resonant current is increased,
and the switching frequency is, once again, similar to the
resonant frequency and high-power losses could be avoided.

Fig. 14. Resonant current (pink curve), MOSFET drain–source voltage (blue
line), and MOSFET gate–source voltage (green line) in the case of the ac
resonant inductor at full-load power (4, 5 kW).

Fig. 15. Resonant current (pink curve), MOSFET drain–source voltages (blue
and cyan lines), and MOSFET gate–source voltage (green line) in the case of
the dc resonant inductor at full-load power (4 and 5 kW).

voltage of Q2 and Q4 , at full-load conditions, Vout = 700 V
and Pout = 4.5 kW. In both cases, the peak of the resonant
current is around 20 A, which concurs with the theoretical
expectation (Ipeak = π Iout ). The conducting FET is turned
off with, approximately, 2 A, and, as soon as it is turned
off, the FET’s parasitic capacitances start to resonate with
the resonant inductor and the drain–source voltages start
to charge/discharge. This transition can be observed as a
fast linear current change in a very short period of time
in Figs.14 and 15. As earlier explained, the conducting FET
must be turned off with sufficient levels of resonant current
due to Coss of the employed FET and its highly nonlinear
characteristic. Another important detail that must be observed
is the voltage that has to be sustained by FETs. In the case of
the approach with the ac inductor, the FET voltage is clamped
to the half of the output voltage. In the case of dc resonant
inductor, this voltage is not clamped, and it has a high-voltage
ripple that comes from the resonant capacitor voltage. As it
can be observed, this voltage ripple can be as high as 150 V
at full load and it can penalize the FET selection in the case
of low resonant capacitor and high output power.
At nominal and low levels of the load (below 1.5 kW), when
the peak of resonant current is low, the resonant current does

Fig. 16. Resonant current (pink curve), MOSFET drain–source voltage (blue
and cyan lines), and MOSFET gate–source voltage (green line) in the case of
the ac resonant inductor at 1- and 5-kW load power.

Fig. 17. Resonant current (pink curve), MOSFET drain–source voltages (blue
and cyan lines), and MOSFET gate–source voltage (green line) in the case of
the dc resonant inductor at 1-, 5-kW load power.

not have a sinusoidal shape anymore as the turn-off current,
needed for ZVS, is comparable with the peak value of the
resonant current. For example, Figs. 16 and 17 show the most
important waveforms in the case of the nominal load, Pout =
1.5 kW, for both analyzed approaches. In both experiments,
the turn-off current is around 2 A, but the difference between
the switching period becomes obvious.
The switching frequency of the converter that uses the ac
resonant inductor is 25% higher (16 kHz at 1.5 kW in comparison with 13 kHz at 4.5 kW) and the peak of the resonant
current is lower than in the case of the resonant converter with
the dc resonant inductor. The switching frequency is faster as
the resonance starts at current level that is comparable with
the peak of the resonant current and the level of turn-off ZVS
current. In addition, as the resonant current has a partial sine
wave shape, its mean value is higher than the mean value of
the rectified sine wave and, consequently, the resonant current
peak is lower than the theoretical expectation. If we continue to
lower the load, the resonant current in the case of ac resonant
inductor is even more distorted like it is shown in Fig. 18 in the
case of a 500-W load. The resonant current has a trapezoidal
shape, while the switching frequency is 160 kHz, which is
more than ten times the resonant frequency. Clearly, such a
high switching frequency at light load is not desirable due to

Fig. 18. Resonant current (pink curve), MOSFET drain–source voltage (blue
and cyan curves), and MOSFET gate–source voltage (green line) in the case
of the ac resonant inductor at 500-W load power.

high switching losses as it produces significant losses in the
magnetic core, conductors, and transistors. In order to avoid
these losses, previously explained cycle skipping modulation
should be applied in order to increase the peak of the resonant
current as it will be presented later. If the load was further
decreased, it would be impossible to reach ZVS conditions
and, consequently, hard switching would occur. Moreover,
the resonant converter would not operate with constant voltage
gain of two. This same problem occurs if Si CoolMOFETs are
employed, but at higher power levels as Iopen and Iclose have
higher values [22].
From the point of view of magnetic design and performance,
if we compare the two analyzed approaches, the dc resonant
inductor handles only one half of the excursion of the magnetic
field but at the double frequency. As the β factor in the
Steinmetz equation is, approximately, between 2 and 2.5 for
the materials of interest, the core losses in the worst case will
be equal in both resonant converters (at the same switching
frequency) as the α factor should be higher than 2 to have
higher cores losses in the case of the dc resonant inductor.
Speaking about the losses in the conductors, dc resonant
inductor has a major part of the current in the dc part of the
spectrum and, therefore, the conduction losses will be smaller.
However, the biggest advantage of the RSCC with dc resonant
inductor is that it can correctly operate even without load. To
keep the voltage of the bus capacitors balanced, RSCC has
to operate even without load. When the dc resonant inductor
is used it does not need any special modulation, like cycle
skipping, to operate correctly fulfilling ZVS conditions and
keeping the voltages balanced.
A. RSCC Operating at Low Loads
As it has been explained earlier, the peak of the resonant
current decreases when the output power is and in the case
of the ac resonant inductor this might be a problem because
as the peak of the resonant current falls below the value that
is necessary to achieve ZVS could lead to important power
losses.
Even more, in the case of the analyzed system, in the lowpower conditions this is what exactly happens and, in order

Fig. 19.
Half-cycle resonance. Resonant current (pink trace), MOSFET
drain–source voltages (blue and cyan traces), and gate–source voltage (green
trace) in the case of ac resonant inductor at 500-W output power.

Fig. 20. Full-cycle resonance. Resonant current (pink trace), MOSFET drain–
source voltages (blue and cyan traces), and gate-source voltage (green trace)
in the case of ac resonant inductor at 500-W output power.

to avoid it, it is necessary to employ cycle skipping. For
example, if one resonant cycle is skipped, the peak of the
resonant current is doubled and ZVS could be achieved.
Figs. 19 and 20 show the possible cycle skipping strategies.
In the first strategy, the resonance is started, the energy from
the input source is given to the resonant capacitor, and it is
let to naturally end after half the resonant cycle by opening
all the switches. The pause is made and then the second half
of resonant cycle is performed in which the energy from the
resonant capacitor is given toward the load and toward the high
side bus capacitor. It can be seen that whenever the current
reaches zero, and all the switched are left open, there are
small high-frequency oscillations of drain–source voltage (blue
trace) due to the resonance between the FET Coss and resonant
inductor. This kind of oscillations can be observed in any
converter that operates in the discontinuous conduction mode.
These oscillations produce power losses which are not present
during the normal operation. In addition, in order to start the
resonance, hard discharge of the MOSFET’s Coss occurs and
soft turn-on is impossible. In order to decrease the amount
of power losses due to these two mechanisms, in the second
approach, a complete resonant cycle is performed, with one
ZVS transition, and then the needed pause is made (see
Fig. 20). With this strategy, the power losses due to hard

Fig. 21.
High-frequency oscillations during one cycle resonance cycle
skipping when the switches are not open correctly (resonant current was
not equal to zero). Resonant current (pink trace) and MOSFET drain–source
voltages (blue and cyan traces) in the case of ac resonant inductor at
500-W output power.

turn-on and due to the parasitic oscillations are decreased at
one half.
Figs. 19 and 20 show the experimental results for 500-W
load, and it can be seen that the resonant current is a sine
wave and that the switching frequency is below the resonant
frequency, which are great benefits in comparison with results
from Fig. 18. As the pause between two resonant cycles lasts,
approximately the same as the resonant cycle, the amplitude
of the resonant current is, approximately, doubled from the
theoretical value. For the analyzed RSCC converter at 500 W
at Vout = 700 V, the peak of the resonant current is,
approximately, 2π Iout , and the power losses were 2.5 W for
the half-resonance cycle strategy and 2 W in the case of a
full-resonance cycle approach. When the cycle skipping is
applied, it is of the outmost importance to turn-off all the
switches when there is no current in the resonant inductor
to avoid high-frequency oscillations that produce additional
losses and electromagnetic interference. Fig. 21 shows the
huge voltage oscillations when the switches were left open
at resonant current of 2 A.
Nevertheless, due to very low Coss of GaN transistors, it has
been measured that the additional energy loss during these
oscillations is below 1 W, which would not be the case if
CoolMOS were used, as it will be shown by the experimental
results. In the case of the RSCC with dc resonant inductor
the ZVS condition is easier to accomplish. When the ZVS
transient is finished, the resonant current is negative and this
starting point for the next resonance helps increasing the peak
of the resonant current (in order to maintain the needed dc
level of the input current). Even when the RSCC is without
load, the current will resonate and the FET transitions are soft
(see Fig. 22). Under no-load condition, the measured power
losses were less than 2 W.
B. Power Loss Measurements and Comparison With Si
CoolMOS
Tables III and IV show the measured power losses and
the measured temperature of the resonant inductor and of the

Fig. 22. Resonant current (pink trace), MOSFET drain–source voltages (blue
and cyan traces), and MOSFET gate–source voltage (green trace) when RSCC
operates without load—case of dc resonant inductor.

employed transistors for both resonant converters. Having in
mind that power losses are very small, the precision of the
power loss measurements is of crucial importance.
In the situations when the converter’s efficiency is very
high (higher than 99%), the best way to measure power
losses is using calorimetric measurements or to use “back-toback” approach. Unfortunately, both approaches are relatively
complicated, and we opted to measure the dc voltages and
currents with multimeter (Fluke 8808A) together with component temperatures. The MOSFETs were independently stressed
with dc currents to obtain correlation between the package
temperature and MOSFET power losses and, in that way, to
double check measurements obtained with multimeters. The
temperature measurement in dc conditions does not cover
power losses in the resonant inductor magnetic core and
in the employed resonant and bus capacitors. These losses
were estimated using information from datasheet. CeraLink
bus capacitors have ESR of, approximately, 16 m, while
MPP core loss was calculated using curves that have in mind
nonlinear permeability of powder cores. The measured total
power losses are contrasted with the estimated total power
losses. As it can be seen from Tables III and IV, the estimation
of the power losses confirms that the measured power losses
are close to the estimated losses but at low output power level
more precise measurement is needed.
In both resonant converters when the load was at 4.5 kW,
additional forced air cooling was applied as the inductor core
temperature was too high due to high core and winding losses.
At power levels below 500 W, the operating frequency of the
ac resonant inductor becomes, approximately, ten times higher
(160 kHz) than the resonant frequency and it affects heavily
the overall efficiency, and, as earlier explained, at no-load
condition, the situation is even worse. As it can be seen in
Table III, estimated FET turn-off and inductor core losses are
the main reason for the high overall losses, as they are heavily
dependent on the frequency of operation. Increased power
losses are additionally reflected in the measured component
temperature. The core temperature is 30 °C higher in the case
of ac resonant inductor, while the FET has 10 °C–15 °C higher
temperature.

TABLE III
M EASURED T OTAL P OWER L OSSES AND C OMPONENT T EMPERATURES T OGETHER W ITH E STIMATED T OTAL P OWER L OSSES IN THE
C ASE OF RSCC W ITH AC R ESONANT I NDUCTOR

TABLE IV
M EASURED T OTAL P OWER L OSSES AND C OMPONENT T EMPERATURES T OGETHER W ITH E STIMATED T OTAL P OWER L OSSES IN THE
C ASE OF RSCC W ITH DC R ESONANT I NDUCTOR

Due to the problem of increased switching frequency at
low load, the explained cycle skipping is applied and the
power losses are measured in these conditions. Applying cycle
skipping at output power of 500 W, the power loss of the
resonant converter with ac inductor can be halved, but it is still
slightly higher than in the case of the resonant converter with
dc resonant inductor. On the other hand, the resonant converter
with dc resonant inductor operates in a quite efficient way even
at low power levels and no-load conditions. It must be stressed,
once again, that in the case of the dc resonant inductor there
is no need to perform any change in the modulation like in the
case of the ac resonant inductor and that the cycle skipping
is a direct consequence of the trasistor’s Coss . Fig. 23 shows
an overview of the measured power losses for different output
powers for both types of the resonant inductor.
In order to demonstrate advantages of the GaN technology, the same series of experiments was conducted using Si
CoolMOS device, IPB65R045C7. First, the ZVS transients are
compared (maintaining the rest of the components) using dc
resonant circuit, and in Fig. 24, it can be seen that in the case
of Si CoolMOS, we need more current in the resonant inductor
at the beginning of the ZVS transition as expected to higher
Coss of Si-based FETs (4.2 A for CoolMOS against 1.8 A for
GaN FET). Another consequence of higher Coss is a longer
transient (2 μs for CoolMOS against 800 ns for GaN FET)
that leads to a higher value of Iclose (−4.5 A for CoolMOS
against −1.6 A for GaN FET). Higher Iclose provokes another

Fig. 23. Power losses of the presented converter in the case of ac and dc
resonant inductor at different loads, and power losses when the half-cycle and
full-cycle pulse skipping is applied at 500 W of output power.

effect; higher peak value of the resonant current as the average
value must be the same for the same output current as it can
be seen in Fig. 25 (25 A in the case of Si CoolMOS and 23 A
in the case of GaN FETs).
Overall, in the analyzed circuit and for the same load
current, the benefits of GaN FET over Si CoolMOS are as
follows.
1) The rms value of the resonant current is 8% higher in
the case of the converter based on Si CoolMOS
2) The Iopen is more than two times higher in the case of
Si CoolMOS provoking higher turn-off losses

GaN FETs lead to a solution that has decreased total power
losses by 30%–50% just by changing the semiconductor
technology.
Two possible implementations of the voltage doubler were
analyzed and discussed. The voltage doubler can be implemented with the resonant inductor in series with the resonant
capacitor (ac inductor approach) or with the resonant inductor in series with the input source (dc inductor approach).
The main difference between these two implementations is
in the shape and frequency of the resonant current. In the case
of the ac resonant inductor, the shape and frequency of the
current are load dependent. It is a sine wave, for heavy loads,
while in the case of light loads, the current has, practically,
trapezoidal waveform. In the case of the dc resonant inductor,
the current is a rectified sine wave almost for all the load
levels.
This difference in the current waveforms is of the outmost
importance when the analyzed voltage doubler operates at light
load and full load. At light load, the switching frequency of
the voltage doubler with ac resonant inductor becomes several
times higher (in the analyzed case, it was ten times higher)
than the resonant and switching losses start to dominate the
total power losses.
In order to alleviate the operating conditions at light loads,
RSCC with ac resonant inductor must be combined with
cycle skipping technique that helps to half the power losses.
On the other hand, RSCC with dc resonant inductor operates
at all load conditions without any problem, obtaining full
ZVS transitions. For the analyzed specifications, there is
not a clear conclusion which approach is better (ac or dc
resonant inductor) at higher load levels, as the measured
power losses are similar. The reason for this is mainly due
to high performance of GaN FETs (low channel resistance,
low Coss , and low switching losses), and the advantages of
the RSCC voltage doubler with dc resonant inductor are not
as clear as in the case when the converter is implemented
with Si CoolMOS. Nevertheless, the implementation with dc
resonant inductor still offers a design that is functional at
all load levels. More precise power loss measurements using
calorimetric approach must be conducted for better characterization of the implemented converter, especially at low load
levels.
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