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Abstract—The requirements for small form-factor power sup-
plies drive the need for high-frequency small magnetic components
and high efficiency to obtain thermal stability. When combined with
high output power, magnetic optimization becomes crucial in the
pushing of the boundaries of magnetic shrinkage. Among those
applications in need of power dense systems, aircraft is considered
one of the most restrictive due to its ultrahigh reliability and
miniaturization in both volume and mass. On-board equipment
transfers the responsability to the power stage classifying it as
mission-critical. The selection of a multiphase converter enables
the desired magnetic components’ shrinkage. With these objectives
in mind, a three-phase LLC based on the wye–delta transformer
is selected as a promising topology to fulfill high efficiency, small
form factor, effective power density, and high voltage step-down
in aircraft applications. The focus of this work is the listing of
the guidelines on the design of three-phase magnetic components
with the compensation of an asymmetric structure (EE/EI cores)
to match its magnetic coupling. The multiple sources of power
losses are analyzed and optimized, including high-amplitude high-
frequency currents traveling around the printed circuit board. This
article presents the design of a unidirectional dc–dc converter with
an input voltage range of 235–285 V to 28 V at the output, controlled
by a frequency range of 15% for a nominal output power of 1 kW
reaching an efficiency of 96%.

Index Terms—Coupled inductors, dc–dc converter, high
frequency, high power density, high voltage step-down, LLC,
magnetic optimization, three phase.

NOMENCLATURE

LLC converter design

Lr Resonant inductance.
Cr Resonant capacitance.
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Lμ Magnetizing inductance.
Zr Characteristic impedance of the resonant tank.
Q Quality factor of the resonant tank.
ωr Resonant angular frequency.
m Total inductance to magnetizing ratio.

Circuit voltages and currents

k Identifier of the phase (k = A,B,C, a, b, c).
iLr,k Current through the resonant tank for phase k.
vCr,k Voltage across the resonant capacitance for phase k.
VI Input voltage (DC).
VO Output voltage (DC).
Ūk Voltage across the windings (phasor).
Īk Current through the windings (phasor).

Magnetic design

B̂ Peak of the B-field within the core.
fS Switching frequency.
TS Switching period.
Ae Effective cross-sectional area of the magnetics.
np Number of turns of the transformer (primary).
ns Number of turns of the transformer (secondary).
n Winding turns ratio of the transformer.

Eddy current power losses in a foil conductor

FR Correction factor for Eddy currents for foil conductor.
t Thickness of the foil (copper track).
δ Skin effect depth.
ν Ratio between the skin depth and thickness.
μCu Absolute permeability of the copper.
ρCu Absolute resistivity of the copper.
Î Peak of the current through the conductor.

I. INTRODUCTION

A IRCRAFT electronic applications introduce challenging
conditions with an extensive regulatory basis . The half-

brick format for power supplies constitutes a typical form factor
in aircraft converters. This means that the converter is height
constrained, reducing the available space for magnetic compo-
nents. These volume and mass restrictions are correlated with the
mandatory high efficiency, as heat dissipation is challenging. In
addition, electromagnetic interference has to be under control as
power converters should not perturbate the onboard apparatus
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in mid-flight, establishing soft-switching topologies as a wise
option and resonant converters as a promising choice.
LLC resonant converters possess all these features allowing

the designer to increase the switching frequency due to its
intrinsic zero-voltage switching (ZVS) on the entire load range
allowing the shrinkage of magnetic components and, thus, in-
creasing the power density. Contemporary gallium nitride (GaN)
transistors with their low capacitance are the enablers of the
high-frequency operation.

A very high voltage step-down dc–dc conversion is needed,
as onboard equipment need 28 V dc to operate from a wide input
voltage range (200–330 V) [1]. When developing high voltage
gain in isolated converters, most of the conversion is achieved
by the transformer winding ratio resulting into an overcrowded
window for the magnetics as well as higher power losses due to
proximity effects.

To solve it, single-stage converters are built upon multiple
transformers to reduce current stresses [2], series–parallel mul-
tiwinding transformers can be employed [3], series converters
are adopted [4], and matrix transformers are proposed [5].
Multistage solutions can also be found in the literature by
interleaving LLC converters [6] or through series–parallel ar-
chitecture [7]. Some scholars focus on the addition of other
operating modes such as phase-shift modulation [8], multi-
ple output [9], pulsewidth modulation (PWM), and amplitude
modulation [10].

Moreover, due to high input and output current ripple, the
effective power density at system level may be reduced as bigger
filtering passive devices will have to be dimensioned.

These issues bring us to the implementation of a multiphase
solution into theLLC converter family, as these topologies allow
the designer to choose among different techniques to reduce
the input and output current ripple [11], lessen the current per
phase [12], or integrate magnetic components [13].

This multiphase concept can be applied at the inverter and rec-
tifier, as in the three-phase LLC [14]. These ideas are still valid
for center-tap rectification [15], full-bridge rectification [16],
creating matrix transformers [11], or with interleaved structures
within the three-phase configuration [12], [17].

Three-phase systems offer specific additional benefits, as
three-phase inductors [18] and transformers [19] ensure the
integration of magnetics down to two individual magnetic
components. The arrangement of the windings of the trans-
former can be in wye–delta [19], delta–wye, delta–delta [15],
and wye–wye [16]. The resonant capacitance arrangement
into a delta configuration (Δ–Cr) [14] reduces the required
individual value of capacitance. For all these reasons, the
three-phase LLC converter is a promising candidate topol-
ogy to be analyzed and optimized for high-power-density
applications.

The need for a low-profile form-factor converter means
that, due to the limited magnetic permeability of asymmetric
magnetic cores, an electrical unbalance of these components
becomes noticeable. This is not exclusive of the multiphase
LLC converter but of any converter able to be configured in
a multiphase manner such as the dual active bridge [20] and will
be addressed in this research work with the compensation of

TABLE I
THREE-PHASE TRANSFORMERS’ TURN RATIO FOR UNITY GAIN

TABLE II
SPECIFICATIONS FOR THE CONVERTER

magnetic coupling between the columns of an EE/EI magnetic
core.

The low profile of the converter makes it necessary to select
a topology with inherent gain in order to minimize the number
of turns required in the transformer and take full advantage of
the topology. Three single-phase transformers can be connected
into a single three-phase transformer, and among the different
possible connections (wye, delta, zig-zag, etc.), as shown in
Table I, the wye–delta transformer includes an intrinsic

√
3

step-down in the voltage conversion ratio (and a
√
3 step-up

in the current) decreasing the voltage conversion ratio imposed
on the winding turn ratio n = np/ns and helping further scaling
of the LLC transformer.

This feature is crucial in this case as the specifications of
the main line aircraft dc–dc converters have to step down the
voltage from hundreds of volts to 28 V. In this article, a 270-to-
28-V 1-kW 900-kHz three-phase LLC based on the wye–delta
transformer is analyzed in detail.

This article presents a three-phase LLC dc–dc converter
topology with a wye–delta transformer, a combination suit-
able to satisfy the high voltage gain required in aircraft ap-
plications. Insights on the operation of the topology will be
exposed together with the design guidelines of the resonant
tank to fulfill the strict operating frequency variation (10%
around the nominal switching frequency) as well as the range
of the input voltage and output power to regulate the output
to 28 V (full specifications are shown in Table II). The geom-
etry dimensioning of magnetic components will be proposed,
eliminating the inherent asymmetry of three-port magnetic
cores.
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Fig. 1. Wye–delta three-phase LLC resonant converter.

The contributions of the research outlined in the present work
are as follows.

1) High-gain low-profile form factor: Designing a converter
in a low-profile form factor and for a wide input voltage
range with frequency variation constraints is a key contri-
bution for applications with restricted converter volume,
such as avionics. The full design procedure is discussed:
component selection, winding structure, practical applica-
tion on the magnetics (transformer and inductor), analysis
of power losses, and layout implications of the rectifier.

2) High efficiency: Emphasis on high efficiency is a signif-
icant contribution, especially in the context of aircraft
applications where energy efficiency is critical for the
overall system performance. Optimization of the converter
in magnetics with flexibility in their design is considered,
enabling their integration.

3) Balanced magnetic structure: The development of a bal-
anced magnetic structure is crucial for the proper oper-
ation of the converter. This is achieved by producing an
even magnetic flux distribution between columns (cen-
tral and lateral columns while also maintaining among
lateral columns). This balance is essential for optimal
transformer performance in a three-phase LLC resonant
converter contributing to reduced power losses, improved
efficiency, and enhanced overall converter performance.
The proposed technique is conceptualized, experimentally
demonstrating its consequences.

The rest of this article is organized as follows. Section II
describes the operating principle that governs the converter al-
lowing the designer to meet the restrictions defined by the speci-
fications: operating ranges of switching frequency, input voltage,
and output power. The strict height limitation of 13-mm drives
the design to a planar core constraining the core geometry and
increasing the winding complexity. Section III exposes a novel
model to achieve symmetric coupling for the planar transformer
and inductor, identifying and compensating the effect of the
fringing in the magnetic coupling design. In Section IV, Pareto
optimization is developed for a constrained design space limited
by technological limitations (materials), manufacturing process
(core geometry), and application-specific features (converter
maximum height). A demonstrator will be built in Section V,

and the experimental results for 1 kW are given in Section VI.
Finally, Section VII concludes this article.

II. THEORETICAL ANALYSIS

A. Operating Principle

The simplified schematic of the proposed three-phase LLC
converter based on the wye–delta transformer is shown in Fig. 1.
Both the inverter and the rectifier operate with three 50% duty
cycle PWM signals (one for each leg) 120 ◦ apart.

The circuit behavior is completely defined once we have
chosen the gate voltage at each and every one of the switches,
and its steady state can be known.

The sum of currents for the three primaries and three secon-
daries null each other

iA(t) + iB(t) + iC(t) = 0 (1a)

ia(t) + ib(t) + ic(t) = 0. (1b)

From (1), we can conclude that the voltage across the resonant
tank in the time domain is given by the sum of voltages across
the capacitors Cr

∑
k

vCr,k =
∑
k

∫ t

0

iLr,k(τ)

Cr
dτ = 0 (2a)

and the sum of voltages across the inductors Lr

∑
k

vLr,k =
∑
k

Lr
diLr,k(t)

dt
= 0. (2b)

Taking the neutral point of the star as the reference point, we
can calculate the voltage across the resonant tank and primary
of each phase vkN

vA − vB = vAN − vBN

vB − vC = vBN − vCN

vC − vA = vCN − vAN

vAN + vBN + vCN = 0

⎫⎪⎪⎬
⎪⎪⎭
vkN =

2vk −∑
j �=k vj

3
. (3)

Rectified voltages are trivial to calculate as the voltage at the
output is forced by the rectifier, obtaining the phase voltages
at the primaries as the voltage seen by their corresponding
secondaries multiplied by the winding turn ratio (see Fig. 2).



4370 IEEE TRANSACTIONS ON POWER ELECTRONICS, VOL. 39, NO. 4, APRIL 2024

Fig. 2. Voltages seen by the inverter and the rectifier (at resonance). (a) Inverter
switching to neutral. (b) Rectifier into the secondary.

Fig. 3. Voltages at both sides of the resonant tank referred to the neutral of
the primary for different load types (inductive and capacitive). (a) Inductive
behavior. (b) Capacitive behavior.

In Fig. 2, it is assumed that the converter operates at resonance
and, consequently, the fundamental harmonic of the voltages
from each switching node to the neutral on the primary and the
voltage reflected from the secondary are in phase.

When this is happening, a phase delay of Δϕ = 30 ◦ between
the gate signals at the primary and the secondary side is present.
This delay in the gate pulses (between vk and vK in Fig. 3) is
due to the nature of the wye–delta transformer (30 ◦ phase-shift
transformer).

When the converter is operating out of resonance, an addi-
tional phase delay between the inverter and the rectifier has to be
performed to mimic the behavior of an ideal diode. Fig. 3 shows
the two most relevant cases for inductive and capacitive behavior.
In principle, six regions can be differentiated (three inductive
Δϕ ∈ (0 ◦, 180 ◦] and three capacitive Δϕ ∈ (−180 ◦, 0 ◦]), but
in normal operation, only the first two inductive regions (Δϕ ∈
(0 ◦, 120 ◦]) are relevant as the third only applies at low power and
high frequency (non-narrow-frequency-range operation), while
the capacitive defines the frontier between ZVS and zero-current
switching (ZCS) operation.

Fig. 4. Three-phase transformer model with magnetizing inductance referred
to the primary. (a) Primary in wye configuration. (b) Secondary in delta config-
uration.

Fig. 5. Six-pulse three-phase rectifier behavior.

The transformer model used in further analysis is shown in
Fig. 4, where a very low leakage inductance is considered (unity
coupling factor between primaries and secondaries).

The voltage across the secondaries uab(t), ubc(t), and uca(t)
induces a magnetic flux vij = dΦij/dt on each phase of the
transformer. According to the volt-second product of the core
shown in uab (see Fig. 5), the peak of the B-field is given by

Φij =

∫
vij(t)dt→ VO =

B̂nsAe

TS/6
−→ B̂ =

VO
6fSnsAe

.

(4)
The same procedure can be repeated for the single phase LLC,
this time, with half the period of volt-second product

Φij =

∫
vij(t)dt→ VO =

B̂nsAe

TS/4
−→ B̂ =

VO
4fSnsAe

(5)

meaning that the B-field on the three-phase transformer core is
33% lower by evaluating the relationship between (4) and (5)
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than the single-phase LLC for the same transformer effective
area Ae, output voltage VO, and switching frequency fS , pro-
viding us means to decrease the volume of the transformer.

Usually, the output capacitance CL is big enough so that
maximum output can be considered constant in steady state.
Once the switching frequency fS and the output voltage VO are
set, and the gain is required given that the input voltage VI is
within the possible range of gains, the inverter–rectifier delay
Δϕ has a unique inductive solution (Δϕ > 0 ◦), and thus, the
steady-state solution can be found according to the solution of
the differential equation of the resonant tank [21]

iLr,A(t) =
c1
Zr

sin (ωrt) + c2 cos (ωrt) (6a)

vCr,A(t) = vCr,A(0) + c1 [1− cos (ωrt)] + Zrc2 sin (ωrt)
(6b)

vLµ,A(t) = vLµ,A(0) + n

∫ t

0

uab(t)

Lμ
dt (6c)

where constants c1 and c2 are the initial voltage across the
inductor and the initial current through the inductor, respectively

c1 = VI − vCr,A(0)− nuab(0) (7a)

c2 = iLr,A(0). (7b)

The exact solution is obtained by ensuring the output current
iO(t) continuous (C0). This means that the switching patterns
at the secondary match the behavior of an ideal diode. The
topology is driven by the switching frequency of bridges and
the delay between them to compensate for the input voltage and
accomplish soft switching in the secondary. This is performed by
imposing +VO across the winding ij when ii > ik �=i and −V O
when ii < ik �=i as shown in Fig. 5, emulating the behaviour of
an ideal three-phase diode rectifier.

The average output current is given by the integral of the
six-pulse rectification

ÎO
IO

=
1

T/6

∫ T
12

− T
12

cos

(
2π

t

T

)
dt =

3

π
. (8)

The input current from the dc power supply is also a six-pulse
current waveform. This means that the current stress of the input
filter is dramatically improved from the single-phase LLC as
only the harmonics multiple of six have to be filtered out.

B. Resonant Tank Gain

The topology behaves as a dc transformer (load independent)
at resonance; this means that the reactive power is solely given
by the magnetizing inductance of the transformer.

The operation out of resonance is required to fix the gain of the
resonant tank and compensate the variation on the input voltage.
This affects the reactive power in a way that frequencies above
resonance will inductively load the input and capacitively under
resonance.

Fig. 6 shows the exact resonant tank characteristic gain against
the switching frequency according to (6).

Fig. 6. Resonant tank characteristic gain as a function of the normalized
switching frequency Fx.

Fig. 7. Single-phase equivalent circuit (FHA) for a three-phaseLLC converter
in wye–delta.

C. Fundamental Harmonic Approximation

The analysis of LLC converters is typically started with
fundamental harmonic approximation (FHA) as it provides a
straightforward method to describe the converter gain as a
function of switching frequency [22].

This process is well documented in the literature for the single-
phase LLC, but it is usually summarized as follows:

nVO
VI

=
(m− 1) · F 2

x√
(mF 2

x − 1)2 +Q2(m− 1)2F 2
x · (F 2

x − 1)2
(9)

where the Lr, Cr, and Lμ design space is transformed into
Zr,m, and Q, withm = 1 + Lμ/Lr being the total-inductance-
to-resonant-inductance ratio, Fx the normalized switching fre-
quency, Q = Zr/Req the quality factor, and Req = 8n2/π2RL

the equivalent ac resistance reflected to the primary. Fig. 7 shows
the equivalent FHA circuit for the three-phaseLLC converter in
wye–delta. As the power transmitted is split between the three
phases, a single-phase FHA equivalent circuit is proposed.

The complete process though is obtained from impedance
representation at the operating frequency fS (fundamental har-
monic) for which

z̄r = jωoLr +
1

jωoCr

z̄o = jωoLμ||Req

⎫⎬
⎭ Ūo =

z̄o
z̄o + z̄r

· Ūi (10)

where the real time-domain spectrum of Ūi and Ūo is known
(given by a Fourier expansion)

Ūi = a0 + jb0. (11)

For synchronous rectification, both voltages are square wave-
forms meaning that the magnitude of Ūo must be multiplied by
π/(4n) to obtain VO.



4372 IEEE TRANSACTIONS ON POWER ELECTRONICS, VOL. 39, NO. 4, APRIL 2024

The same process can be repeated calculating the amplitude
of the first harmonic of vk′N (t) as the input voltage

Req,YΔ = 9

(
3

π

)2

· n2RL (12a)

VO
|Ūo| =

2

π

√
3. (12b)

D. Output Capacitance Selection

An initial approximation (for low ripple) on the voltage ripple
is obtained by the integration of the difference of the input
current from the rectifier and the output current to the load when
the former is higher than its average value, defining a = ÎO/IO

ΔvO(a) =
IO
ωCO

∫ π−sin−1(a)

sin−1(a)

sin (ωmint) d(ωt)

=
IO
ωCO

[
2a tan−1

(
a√

1− a2

)
+ 2

√
1− a2 − a · π

]

(13)

where a is calculated averaging the input current to the capacitor
as in (8) for six-pulse rectification, where for the single-phase
LLC, a = 2/π, while for the three-phaseLLC, a = 3/π. Eval-
uating on (13), we get that for the same output voltage ripple,
the three-phase LLC requires less than a 38.5% of what the
single-phase LLC requires.

For the worst case full power output (1 kW) as specified in Ta-
ble II, minimum switching frequency (810 kHz), and 1% voltage
ripple (100 mV), a capacitance of 2µF is needed. We selected 21
multi-layer ceramic capacitor (MLCC) 100-nF capacitors in par-
allel to achieve this capacitance (CGA5L2C0G1H104J160AE).

E. Design Rules of the Components

Every parameter of the converter has a big impact on the de-
sign. To unveil this entanglement, a design guideline is explained
in this subsection with the purpose of clarifying the procedure.
The main contribution of each parameter is listed as follows.

1) Transformer winding turn ratio n defines the voltage gain
at resonance; due to the wide input voltage gain required,
it is desirable that it operates in both step-down (above
resonance) and step-up (below resonance).

2) Resonant inductance Lr contributes to the quality factor
of the tank Q = ωLr/Req and thus its selectivity.

3) Resonant capacitance Cr defines the resonant frequency
of the tank and must be able to withstand the voltage across
it due to the resonant current.

4) Magnetizing inductance Lμ defines the sensitivity of the
gain, including the maximum boost of the LLC.

To calculate the current and voltage rating of the resonant
tank, it can be assumed that the resonant current is dominant
over the magnetizing current; through (8), its peak is given by

ÎLr
=

π

3
√
3

1

n

PO

VO
(14a)

Fig. 8. Ideal and FHA characteristic gain of the converter.

TABLE III
DESIGN MADE TO COMPLY WITH THE SPECIFICATIONS

and the voltage across the resonant capacitor is

V̂Cr
=

ÎLr

2πfminCr
. (14b)

The first step is to choose the winding turn ratio n, which,
when selecting a single-turn secondary due to the high amplitude
current on the secondary side, n = 5, is the only integer that
centers the resonance within the gain range calculated from the
input voltage range in normal operation.

For a first iteration of the converter and as a proof of con-
cept, the maximum voltage across the capacitor was selected
to 230 V, meaning that for a resonant frequency fr = 900 kHz,
the value for the resonant capacitor is Cr = 3.32 nF, and thus,
Lr = 9.6µH.

With both Zr =
√
Lr/Cr and fr decided, there only exists a

single value of m that is capable of meeting the requirement of
ΔFx = 10% for the input voltage and output power ranges. In
this case, m = 2.27 making Lμ = 12 µH.

The parameters of the topology were designed considering
the maximum and minimum gains, as once ΔFx is set for an
input voltage and output power range, only one set of values
for Lr, Cr, and Lμ is obtained. These gains are derived from
Table II with (9) obtaining the response in Fig. 8. The designed
values are listed in Table III.

III. MAGNETIC DESIGN

Unlike the resonant capacitor whose voltage and current
ratings as well as capacitance are known and can be found in
a parametric search, the design and optimization of Lr and Lμ

requires a lot of calculation and simulation effort, even though
the nominal lumped-model values are known.
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Within the behavior of three-phase magnetics, and more
predominantly, in planar magnetics, the potential for phase
unbalance increases. This phenomenon significantly impacts the
performance of power converters, requiring the development of
compensation techniques to mitigate their effects.

This phenomenon manifests as voltage and current depen-
dence between phases. When the synchronous rectifier forces the
voltage across the secondary windings, if unbalanced, it results
in an uneven storage of magnetizing energy among the phases.
Consequently, unbalance becomes apparent during operation;
nonetheless, the issue worsens in a three-phase inductor for the
same unbalance, rather than the transformer itself. This is due to
additional series coupling between two phases. For instance, the
current flowing through phase k will induce an additional series
voltage in the other phases, which are 120◦ apart from phase k,
unbalancing the system.

This is because of the nonsymmetry of the typical three-phase
magnetic core (three equal columns in an EE core), where one
of the columns (central) presents a shorter magnetic path length
to the three columns merging point compared with the other
columns (laterals). To overcome this, in this section, a compre-
hensive analysis is made to address nonsymmetrical magnetic
core structures and achieve optimal performance.

A. Gapped Three-Port Asymmetric Magnetic Core

Three-phase core architectures require to have three indepen-
dent magnetic paths, and this is translated into an architecture
with three winding positions usually referred to as three ports.

In general, it is desirable that balanced three-phase magnetic
components are built upon symmetric structures, such as delta
or wye cores [23]. Nonetheless, these constructions have higher
volume and inconvenient terminations for windings in a linear
downstream circuit topology.

The utilization of nonsymmetrical magnetic core structures
leads to noncompensated magnetic component; this fact is rele-
vant as it is detrimental to the balancing of phases.

In the case of the synchronous three-phase LLC converter,
each phase has its current shifted, unbalancing the soft switching
of the inverter (different switching currents on the three-phase
bridge leading to loss of ZVS) and the currents in the secondary
(risk of losing its quasi-ZCS). Altogether, a symmetric magnetic
component in a three-phase system contributes to the minimiza-
tion of unbalance between phases, ultimately reducing the power
losses and thus, improving its thermal stability.

In [18], a three-column EE core was built with two different
soft materials in order to compensate magnetic coupling between
columns. The same effect can be accomplished by narrowing
the central column with respect to laterals as the equivalent
reluctance seen from the null flux singular point of the core
is compensated.

In this subsection, geometry compensation is derived for
two three-port core geometries: the EE core and the EI core.
An alternative approach is developed in the Appendix. Core
dimensioning is shown in Fig. 9.

The mathematical analysis is performed based on the magne-
tostatic problem for which Ampère’s law (15) and the magnetic

Fig. 9. EE core dimensioning. (a) Front view. (b) Side view.

Fig. 10. Winding layout.

Fig. 11. Definition of the signs of the H-field and the current through the
window. (a) Left current loop. (b) Right current loop.

flux conservation law (16) are used∮
L

Hdl =
�

S
J dS (15)

�
S
B dS = 0. (16)

All the analysis are made considering the fringing with σl and σc
correction factors, reserved for future analysis in this subsection.

To simplify the analysis and make it more comprehensible,
an approach regarding the winding layout in this section was
adopted. Instead of detailing the winding layout for each indi-
vidual phase, the winding arrangement was considered as one
phase for each column. Fig. 10 provides a visual representation
of this simplified winding layout, illustrating how we treated the
windings as a single phase within each column, highlighting the
connections and relationships that are relevant to our analysis
and design.

Evaluating theH-loops defined in Fig. 11 with (15), we obtain
the first two equations
(
lg
σl

+
2lb
μr

)
B1

μ0
+

2la
μr

B12

μ0
−
(
lg
σc

+
2lb
μr

)
B2

μ0
= I1 − I2

(17)
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(
lg
σl

+
2lb
μr

)
B3

μ0
+

2la
μr

B23

μ0
−
(
lg
σc

+
2lb
μr

)
B2

μ0
= I2 − I3.

(18)

To complete the system, we apply (16) to the junction magnetic
paths between columns

B12 = B1 · Al

Af
(19a)

B23 = B3 · Al

Af
(19b)

and to the singular spot where the three magnetic fluxes of the
columns meet

B1 ·Al +B2 ·Ac +B3 ·Al = 0. (19c)

Equation (19) can be substituted into (17) and (18) and to-
gether with (19c); a system of three linear equations with B1,
B2, and B3 (B-field for each column) is defined as

Ax = b −→ x = A−1 · b (20a)⎧⎪⎪⎪⎨
⎪⎪⎪⎩

a11 = 1
μ0

[
lg
σl

+ 2lb
μr

+ 2la
μr

Al

Af

]
a23 = a11
a12 =

lg
σc

+ 2lb
μr

a22 = a12

(20b)

A =

⎡
⎣a11 a12 0

0 a22 a23
Al Ac Al

⎤
⎦ , x =

⎡
⎣B1

B2

B3

⎤
⎦ , b =

⎡
⎣I1 − I2
I2 − I3

0

⎤
⎦ .
(20c)

TheB-field now is completely defined and solved with (20a).
To fill the inductance matrixL of (21) for a three-column single-
turn magnetic component, we define the flux on each column j
(φij) and divide it by the current Ii that causes it obtaining (22)

Lt =

⎡
⎣Lll Mlc Mll

Mlc Lcc Mlc

Mll Mlc Lll

⎤
⎦ (21)

Lll =
φ1
I1

∣∣∣∣
I2=0
I3=0

≈ +μ0
Al(Ac +Al)

lg(2Al +Ac)
(22a)

Lcc =
φ2
I2

∣∣∣∣
I1=0
I3=0

≈ +μ0
2AcAl

lg(2Al +Ac)
(22b)

Mll =
φ1
I3

∣∣∣∣
I2=0
I3=0

≈ −μ0
A2

l

lg(2Al +Ac)
(22c)

Mlc =
φ1
I2

∣∣∣∣
I1=0
I3=0

≈ −μ0
AcAl

lg(2Al +Ac)
. (22d)

This approximation represents the effect of an ideal magnetic
core (μr → +∞). The complete solution to (20a) can be solved
to get Mlc =Mll, for which the lateral column must shrink in

the quantity

A∗
l = Ac ·

Af

(
2
lb
μc

+
lg
σl

)

Af

(
2
lb
μc

+
lg
σc

)
− 2Ac

la
μc

(23)

where a minimum air-gap length is required to be extracted from
nulling of the denominator of (23)

lg ≥ σc · 2

μr

(
Ac

Af
la − lb

)
. (24)

When (23) is satisfied, we can calculate the exact solution for
(22) as follows:

Lll =
φ1
I1

∣∣∣∣ I2=0
I3=0

Al=A∗
l

= +μ0
2

3

Ac

lg
σc

+
2lb
μc

(25a)

Lcc =
φ2
I2

∣∣∣∣ I1=0
I3=0

Al=A∗
l

= +μ0
2

3

Ac

lg
σc

+
2lb
μc

(25b)

Mll =
φ1
I3

∣∣∣∣ I2=0
I3=0

Al=A∗
l

= −μ0
1

3

Ac

lg
σc

+
2lb
μc

(25c)

Mlc =
φ1
I2

∣∣∣∣ I1=0
I3=0

Al=A∗
l

= −μ0
1

3

Ac

lg
σc

+
2lb
μc

. (25d)

An accurate representation of the air-gap effect in the coupling
of windings is essential when designing the components. For
such a task, two correction factors were introduced previously
into the analysis made in the present article denoted by σl and
σc for the lateral and central columns, respectively.

In [24], a simplified method for calculating the reluctance
of the air gap was described based on the Schwarz–Christoffel
transformation for infinitely long magnetic cores (2-D). A sim-
ilar approach was taken in [25] where the aforementioned work
is extrapolated into both directions of the cross section of the air
gap. Applying it into our problem, we get the correction factor
of the effective air gap in the central column

σxc =
ac · π

ac · π + 2lg ·
(
1 + ln

(
π
2lb − af

4lg

)) (26a)

σyc =
d · π

d · π + 2lg ·
(
1 + ln

(
π
2lb + af

4lg

)) (26b)

σc = σxc · σyc (26c)

and in the lateral columns

σxl =
al · π

al · π + 2lg ·
(
1 + ln

(
π
2lb − af

4lg

)) (27a)

σyl =
d · π

d · π + 2lg ·
(
1 + ln

(
π
2lb + af

4lg

)) (27b)
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Fig. 12. Comparison of inductance matrix components calculated with (23)
and the obtained in a magnetostatic ANSYS simulation sweeping A∗

l = f(lg)
and Al = Ac. (a) Central self-inductance Lcc. (b) Lateral self-inductance Lll.
(c) Lateral–central Mlc. (d) Lateral–lateral Mll.

σl = σxl · σyl. (27c)

Fig. 12 shows the comparison between the mutual inductances
Mlc and Mll. The application of this expression leads to a 5%
maximum error without compensating for the fringing effect.

Once the methodology to compensate the asymmetry of a pla-
nar EE core is established and including the effect of the fringing
in the coupling, geometry dimensioning (25) is validated via
finite-element simulation. The simulations were performed in
Maxwell 3D with minimal track width to discard the effect of
the inductance added by the windings.

The results are represented in Fig. 12; the mutual inductances
Mll and Mlc show that Mlc does not significantly depend on
the size of the lateral column Al, while Mll varies up to a
15%, reducing the maximum error to a 7.5%. These cases
can be observed when comparing σ = f(A∗

l ) (fringing effect
considered) with the simulated results Al = A∗

l , demonstrating
the predictability of the proposed model. With it, the transformer
and resonant inductor designs can proceed.

1) Wye–Delta Transformer: A single-phase transformer can
be represented as the quadrupole given by (28) with u = Z1φ · i

Z1φ =

[
z̄pp z̄ps
z̄sp z̄ss

]
. (28)

In general, a three-phase transformer is electrically analyzed
by assuming it to be balanced (equivalent to a single phase). No
matter how the windings are coupled (see Fig. 13), we can define
a 6× 6 matrix for the six windings (three primaries and three

Fig. 13. Six arbitrarily coupled inductors.

secondaries)

Z6μ =

⎡
⎣ZAA ZAB ZAC

ZBA ZBB ZBC

ZCA ZCB ZCC

⎤
⎦ , Zjk =

[
z̄pjpk

z̄pjsk

z̄sjpk
z̄sjsk

]

(29a)

u =
[
uA uB uB

]T
=

[
ŪA Ūa ŪB Ūb ŪC Ūc

]T
(29b)

i =
[
iA iB iC

]T
=

[
ĪA Īa ĪB Īb ĪC Īc

]T
(29c)

u = Z6μ · i (29d)

equivalent to a block matrix produced by the merge of the three
pairs of primaries and secondaries. In order for Z6μ to behave
as three independent single-phase transformers, an equivalent
matrix has to be found so that only the main diagonal is filled
while null matrices O2×2 fill the rest

Z3φ =

⎡
⎣Z∗

AA O2×2 O2×2

O2×2 Z∗
BB O2×2

O2×2 O2×2 Z∗
CC

⎤
⎦ . (30)

If it is assumed that the primary and secondary windings are
perfectly coupled (no leakage), then the equivalent circuit can
be represented, as shown in Fig. 4.

The condition that we need is that the sum of currents for the
three primaries or three secondaries null each other (Kirchhoff’s
current law), i.e.,

iA + iB + iC =

[
0
0

]{
ĪA + ĪB + ĪC = 0
ĪA′ + ĪB′ + ĪC ′ = 0.

(31)

If we assume that (30) will be satisfied within the defini-
tion of (29d), then we can split the block matrix Z6μ as
follows:

Z6μ =

⎡
⎢⎢⎢⎣
ZAA O2×2 O2×2

O2×2 ZBB O2×2

O2×2 O2×2 ZCC

⎤
⎥⎥⎥⎦

+

⎡
⎢⎢⎣
O2×2 ZAB ZAC

ZBA O2×2 ZBC

ZCA ZCB O2×2

⎤
⎥⎥⎦ . (32)
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Fig. 14. Three-phase coupled inductor electrical model. (a) Three single phase.
(b) Single three phase.

It is trivial that Zij = Zji and can be demonstrated that, due to
the axial symmetry of an EE or EI core, ZAB = ZCB as the
mutual inductance between the central column B, and each of
the two lateral columns (A and C) is the same. This leads us to
the reduction of the last equation to a lateral-to-lateral mutual
block matrix Zll and to a lateral-to-central block matrix Zlc;
we can define a block matrix ΔZ = Zll − Zlc so that previous
equation is simplified to

Z6μ =

⎡
⎣ZAA O2×2 O2×2

O2×2 ZBB O2×2

O2×2 O2×2 ZCC

⎤
⎦

+

���������
O3×3

⎡
⎣Zlc Zlc Zlc

Zlc Zlc Zlc

Zlc Zlc Zlc

⎤
⎦+

⎡
⎣−Zlc O2×2 ΔZ
O2×2 −Zlc O2×2

ΔZ O2×2 −Zlc

⎤
⎦.
(33)

Due to (31), it is straightforward to demonstrate that the matrix
full of Zlc does not contribute in the voltage u when (29d)
is applied. Also, if we want ΔZ = O2×2, the only option
is that the mutual inductance between lateral columns and
that between a lateral and the central take the same value,
which corresponds to a prior solution demonstrated in (23),
which has been previously obtained by the customization of the
columns.

Once the single-turn self and mutual inductances are obtained,
the multi-turn case is derived by multiplying the mutual amount
of turns to complete the flux in the magnetic core ψ = n1 · n2φ,
obtaining an equivalent impedance matrix to the single-phase
case in (28),

Z∗
kk = jω

[
n2p npns
npns n2s

]
· (Lll −Mlc) (34a)

L∗
μ = npns · (Lll −Mlc) = μ0

npns
lg

σcAc
+

2lb
μcAc

. (34b)

2) Three-Phase Inductor: As previously mentioned, the use
of three single-phase resonant inductors, although straightfor-
ward, does not take advantage of the features of a three-phase
system. A three-phase inductor is designed to merge the three
single-phase inductors, as shown in Fig. 14. In this section, a
brief analysis mimicking the one for the transformer is per-
formed.

The real behavior of a three-phase inductor is given in
Fig. 14(b) in order to be equivalent to three single-phase in-
ductors, as in Fig. 14(a)

Z3φ =

⎡
⎣z̄

∗
AA 0 0
0 z̄∗BB 0
0 0 z̄∗CC

⎤
⎦ (35)

equivalent to (30) and

Z3μ =

⎡
⎣z̄AA z̄AB z̄AC

z̄BA z̄BB z̄BC

z̄CA z̄CB z̄CC

⎤
⎦ . (36)

Equation (31) is still valid as the primary of the transformer is
connected to the inductor, so defining Δz̄ = z̄ll − z̄lc, we can
split the above equation as follows:

Z3μ =

⎡
⎣z̄AA 0 0

0 z̄BB 0
0 0 z̄CC

⎤
⎦

+

���������
O3×3

⎡
⎣z̄lc z̄lc z̄lc
z̄lc z̄lc z̄lc
z̄lc z̄lc z̄lc

⎤
⎦+

⎡
⎣−z̄lc 0 Δz̄

0 −z̄lc 0
Δz̄ 0 −z̄lc

⎤
⎦ . (37)

Again, (23) makes Δz̄ ≡ 0 obtaining the equivalent self-
inductance for column k

z̄∗kk = jω · n2l (Lll −Mlc) (38a)

L∗
r = n2l (Lll −Mlc) = μ0

n2l
lg

σcAc
+

2lb
μcAc

(38b)

where nl is the number of turns of windings.

B. Core Losses

In general, core losses are facilitated as volumetric power
losses given by the manufacturer’s datasheet. Nonetheless, these
data are usually condensed into the Steinmetz equation

PV = k · fα ·Bβ (39)

or into the improved generalized Steinmetz equation for nonsi-
nusoidal operation

PV =
1

T

∫ T

0

ki

∣∣∣∣dBdt
∣∣∣∣
α

·ΔBβ−αdt (40a)

ki =
k

(2π)α−1

∫ 2π

0

| cos (θ) |α2β−αdθ

. (40b)

In order to get more accurate representations of core losses,
the data acquisition system used by the MagNet project from
Princeton University [26] was used. The material was tested with
an arbitrary signal generator to generate a trapezoidal B-field
on the material ML91S (see Fig. 15). A curve fitting was per-
formed obtaining k = 0.320836, α = 1.7106, and β = 3.24364
for (39).
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Fig. 15. Experimental power losses measured at 90 ◦C for a symmetric
trapezoidal B-field waveform of B̂ peak.

C. Core Geometry

Usually, multiple magnetic parts are used as building blocks to
constitute the geometry of the core. In such cases, an unavoidable
air gap is present; moreover, in order to design a balanced three-
phase inductor or transformer, a minimum gap is mandatory as
exposed in (24).

Although a distributed air gap [27] can reduce local fringing, it
leads to higher complexity in the manufacturing of a custom core
and reduces the robustness. By simply placing the conductors far
away enough from the air gap, for example, by using an EI core
instead of EE core, the fields intersecting the windings decay
significantly leading to lower losses.

D. Winding Strategy

For planar magnetic cores in high-frequency applications, the
solid wire solution becomes inconvenient as the current stress
required in the windings increases in amplitude and harmonic
content. The skin effect alone makes the maximum wire diameter
to be AWG36 at 1 MHz (127 µm in diameter), requiring a high
number of wires in parallel leading into higher proximity and
worsening the termination effect [28].

Although Litz wire is a good solution due to its performance
at high frequency, it compromises the economic viability of
the converter. Printed circuit board (PCB) windings are less
expensive, easily customizable, and ideal to create interleaving
structures within the winding. For the converter presented, a 5:1
windings’ turn ratio for the transformer has to be implemented,
for which PCB windings are chosen.

In order to make interleaving, the secondary turn is split into
five turns to obtain the same current and compensate the increase
in the H-field of the primary turns. Nonetheless, due to the
asymmetry of this arrangement, this makes it more susceptible
to external fields. Instead, the secondary turn can be split into
four turns, leaving two primary turns enveloping with the top
and bottom layers and the rest of the winding turns in the PCB.

For high-frequency currents, the contribution of the skin
and proximity in the power losses breakdown becomes very
noticeable. This is especially important in regions of strong
magnetic fields (proximity to the air gap). A set of simulations
was run varying the air gap with a fringing effect close to the top
layer of the PCB (see Fig. 16). This is made for two strategies

Fig. 16. Winding losses for the same EE core depending on the winding strat-
egy (900 kHz). The bar stack represents the layers of the PCB. (a) PSPSPSPSPS.
(b) PSPSPSPSP.

(PSPSPSPSPS and PSPSPSPSP). The result depends heavily on
the size of the gap and the distance from the winding to it.

Although an initial approximation can be obtained for foil
conductors (PCB tracks) with analytical equations [29], fringing
losses play a big role in the optimization of winding losses.
Efforts in fringing power loss estimation are discussed in the
literature for planar magnetics [30]. Nonetheless, the highest
accuracy is returned by finite-element method simulations.

E. PCB Track Losses

Proximity and skin effects in high-current high-frequency
designs have a big impact in the losses. For foil conductors (PCB
tracks), a set of analytical equations for skin effect is derived
in [29]

RDC =
ρCu

Aeq
leq (41a)

δ =

√
ρCu

πfμCu
(41b)

Pskin = RDC · FR · Î2 (41c)

FR =
ν

4

sinh (ν) + sin (ν)

cosh (ν)− cos (ν)
, ν =

t

δ
(41d)

where FR is a corrective factor, t is the thickness of the copper
track (2 oz/ft), δ is the skin depth, ρCu is the resistivity of copper,
and μCu is its absolute magnetic permeability of copper.

Due to the low voltage at the output compared to the input
voltage, high frequency and high currents will be manifested in
the rectifier circuit. Higher currents tend to focus on the sides of
the track leading to higher RMS current and, thus, higher power
losses.

Flux cancellation designs, such as in [31], are an option
when parallelizing many transistors, and more PCB layers are
available at the cost of producing higher complexity layouts. In
the present work, a first prototype was designed with current
orthogonality executed as much as possible to minimize the
proximity losses.

The purely ohmic loss obtained in a simulation performed in
ANSYS with 36 A peak and 900 kHz returned 4.53 W. Evalu-
ating (41) for pieced sections of the conduction path (different
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Fig. 17. Experimental PCB power losses as functions of a three-phase injected
sinusoidal current at 900 kHz.

leq and Aeq) returned 4.5 W. Testing this experimentally is also
possible as three-phase currents can be achieved with the already
built-in resonant tank:

1) short-circuiting the transistors in the inverter and allowing
the current to rush-in into the tracks of the rectifier;

2) short-circuiting the three output terminals of the secondary
windings.

In both cases, as in a three-phase system fault, the cur-
rent will be strictly limited by the impedance of short circuit
(the impedance of the rectifier board in the first case and the
impedance of the windings in the second case). To avoid it, the
current at the primary (resonant tank) was kept at a certain value
peaking at 4.2 A, which will translate into 36 A in the secondary.
This way, the primary is stressed in the same way and the power
losses of the inverter, resonant tank, and transformer can be
crossed-out of the equation discriminating the power losses of
the rectifier board.

Fig. 17 shows the power losses with the two aforementioned
experiments; for the primary current at full load, 4.4 W was
obtained, defining a 0.5% of efficiency loss for 1-kW operation.

IV. PARETO-OPTIMAL DESIGN

An EE core was taken as reference to calculate the main design
parameter of a three-phase planar transformer. Nonetheless, an
EE core and an EI core are equivalent, so the same equation can
be applied by making the equivalence.

A. Design Space

As it is a height-constrained core (h = 12.9 mm), we can
show from Fig. 9 that the design has six degrees of freedom
that have to be defined:

1) depth of the core d;
2) width of the window ww;
3) half the height of the window wh;
4) area of the central column Ac = ac · d;
5) area of the lateral column Al = al · d;
6) air-gap length lg .
We can then discuss the mandatory constraints of the design,

as follows.
1) Central column shrinkage: Equation (23) shows the re-

lationship between the lateral and central columns as a
function of lg .

Fig. 18. Extra design space parameters of the design. (a) EI core. (b) EE core.

2) Thermal dissipation capabilities: This will define the
maximum allowed B-field in the column through the
power losses of the core. Estimating it can be tricky as
accurate models (simulations) sheltered by experimen-
tal tests have to be performed, where 500 mW/cm3 is
a good starting point for planar magnetics with natural
convection.

3) Inductance: The air gap is given by (38b) or (34b) depend-
ing on if it is an inductance or a transformer, respectively.

The parameters left are controlled defining the design space
below and represented in Fig. 18 .

1) Air gap lg is discretized to the gap spacer thickness.
2) PCB track width p (window width): Depending on the

winding strategy, a minimum width in the window is
required to fit the conductors.

3) Air-gap proximity to the windings s (window height):
Shorter windows tend to have higher winding losses due
to the proximity of the gap (fringing), but making it higher
will be translated into a deeper core (longer windings
scaling winding losses proportionally).

B. Optimization

Optimization was performed via a smart algorithm capable
of calculating current excitations via a preliminary Z matrix
obtained in ANSYS (refinement). This guarantees an accurate
representation of voltage between winding terminals and, thus,
core losses.

The design space was restricted according to the maximum
dimensions of the machinery used in the manufacturing of
custom cores (less than 30 mm) as well as the height-constrained
design (less than 12.9 mm) to achieve a half-brick form
factor.

Fig. 19 shows the power losses as well as the winding strategy.
Being the PSPSPSPSP case more power-efficient in the window
(air gap). At lower fringing fields, an additional parallel in the
secondary reducesRDC enough to compensate for these effects.

The same core geometries were simulated for both the trans-
former and the inductor; for the final design of the three-phase
inductor and transformer, the same custom core was chosen
whose dimensions can be found in Table IV and assembled by
stacking cores (two in the case of the transformer and three in
the case of the inductor with five turns).
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Fig. 19. Pareto front of the three-phase inductor and three-phase transformer
with an EE core. (a) Transformer Pareto front. (b) Inductor Pareto front.

TABLE IV
OPTIMIZED THREE-COLUMN EI CORE DIMENSIONS

V. IMPLEMENTATION

A. Prototype

The final prototype is presented in Fig. 20 with its most
important parts: complete power stage, three-phase transformer,
three-phase inductor, the auxiliary supplies for the drivers and
the signal isolators, as well as their individual isolated dc–dc
converters self-contained into the power stage.

Transistor selection for the first generation of the prototype
is, for the high-voltage side inverter, GS66508T from GaN
Systems (650-V, 30-A, 50-mΩ GaN E-HEMT) and, for the
rectifier, BSZ018N04LS6 from Infineon (40-V, 158-A, 1.8-mΩ
Si MOSFET).

B. Transformer

The connection of the primary is trivial as there is no track
entanglement in the PCB. Fig. 21 represents two possible solu-
tions when creating the delta connection in the secondary of the
transformer. Depending on the connection, the rectifier will lag
the inverter by 30 ◦ or lead it by 30 ◦ (Yd11).

Fig. 20. Prototype key parts. (a) Power stage. (b) Inverter card. (c) Trans-
former. (d) Inductor. (e) Rectifier composition.

Fig. 21. Delta connection on the secondary (Yd1/Yd11). (a) Proposed con-
nection (Yd1). (b) Alternative connection (Yd11).

Both solutions are correct implementations of the topology.
They differ in the PCB layout execution (Fig. 22(a) is the most
symmetric) and the modulation in the form of a delay.

VI. EXPERIMENTAL RESULTS

A. Operation of the Converter

For aircraft applications, heat is extracted via an isothermal
baseplate at constant temperature (90 ◦C) integrated in a metal
housing. As these conditions were not possible to replicate in the
laboratory, it was tested with forced air convection at ambient
temperature instead.

Fig. 22 shows the experimental waveforms of the converter
for fS = 900 kHz, including the drain–source voltage of the
low-side transistors for each phase of the inverter [see Fig. 23(a)]
and the rectifier [see Fig. 23(c)], as well as current waveforms
through each resonant tank [see Fig. 23(b)].
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Fig. 22. Experimental waveforms for 250 to 28 V at 1 kW. (a) Voltage at the
switching nodes (resonant tank terminals). (b) Currents through the resonant
tanks. (c) Voltage at the switching nodes (delta terminals).

Fig. 23. Inverter voltage ZVS transition at VI = 270 V. (a) PO = 100 W.
(b) PO = 1000 W.

Fig. 23 illustrates the dynamic ZVS transition characteristics
experimentally, presenting the drain–source voltage and switch-
ing current for the full output power range (100 and 1000 W).

The tests were not performed acting on the switching current,
but by keeping the output voltage constant in an open-loop
manner. The observed difference in switching currents between
the two cases is attributed to the converter operating above reso-
nance. While a higher switching frequency is necessary for lower
power levels (see Fig. 8) and hence increasing the inductive
energy, higher load currents require the converter to adapt by
adjusting the timing of the switching events (inverter–rectifier

Fig. 24. Measured efficiency for 235–285 V of input voltage and the 100–
1000 W output power range.

Fig. 25. Theoretical power loss breakdown comparison with experimental at
PO = 1 kW.

delay), resulting in proportionally higher currents during the
switching as the output power increases.

The effect of this off-current level is very subtle in switching
losses, as demonstrated in [32].

B. Efficiency of the Converter

The efficiency reached by this converter is over 95% in the
333–1000 W output power range for the entire input voltage
range with a maximum of 96% at 580 W, as shown in Fig. 24.

All the experiments were made in an open-loop manner and
tuning the frequency manually to obtain 28 V at the output
(±1%) with the input voltage constant within a 2% of absolute
maximum deviation.

The tests revealed a ±11% of frequency variation for the
±15% target, operating in the range 0.93–1.17 MHz.

Fig. 25 shows a theoretical breakdown of power losses at full
load across the full range of input voltage levels (235–285 V)
compared with experimental measurements. Conduction losses
were calculated with the data provided by the manufacturer (ON-
resistance at the junction temperature), while switching losses
were obtained with the model and data in [32] for the inverter
transistorsQ1–Q6. AsQ7–Q12 are operated in ZCS, no voltage
and current overlap losses are added due to switching.

The most significant source of power losses is the inverter
transistor; even though ZVS is present in the entire load range
(Eon = 0 µJ), as shown in Fig. 24, switching energy loss cannot
be completely eliminated (Eoff). This is because the transistor
channel needs to be shut down as there will be simultaneous
current and voltage across it during the transient.



LINARES et al.: HIGH-GAIN HIGH-FREQUENCY THREE-PHASE LLC RESONANT CONVERTER DESIGN 4381

Fig. 26. Experimental waveforms for inductor currents for different inductors
(compensated and uncompensated). (a) Uncompensated inductor and trans-
former with the three legs equal (|ΔM/M | < 17%). (b) Compensated inductor
and transformer manufactured according to Table IV (|ΔM/M | < 5%).

Power losses for magnetic components have been obtained
from electromagnetic simulations and core loss measurements
for trapezoidal B-field waveforms, as explained in Section IV.

C. Effect of the Uncompensated Magnetic Core

With the help of an impedance analyzer and for the ML91S
material from Proterial, the Z matrix was measured for both the
transformer and the inductor obtaining an error not greater than
5%, with the sensitivity of μc of the material and the tolerance
of the air gap being the sources subject to the most uncertainty.

The experimental inductance matrices according to (29a) for
the transformer and (36) for the inductor are shown in (42) and
(43), respectively:

LTx
=

⎡
⎢⎢⎢⎢⎢⎢⎣

12.90 2.56 7.00 −1.44 5.16 −1.07
2.55 0.52 −1.43 0.29 −1.06 0.22
7.00 −1.43 14.56 2.88 6.80 −1.40
−1.44 0.29 2.88 0.59 −1.40 0.29
5.15 −1.06 6.80 −1.40 12.68 2.50
−1.07 0.22 −1.40 0.28 2.50 0.51

⎤
⎥⎥⎥⎥⎥⎥⎦
µH

(42)

LLr
=

⎡
⎣5.85 2.50 2.31
2.49 5.81 2.53
2.31 2.53 5.93

⎤
⎦ µH. (43)

In the analysis conducted in Section III-A, a coupling factor of
k = 1 was initially assumed. Based on the data in (42) and the
single-phase equivalent described in (28), the coupling factor
measured exceeds k = 0.98, thus validating the correctness of
the initial assumption.

The most undesirable effect is given by the inductor Lr due
to series coupling when unbalanced. For this purpose, its error
is calculated as the relative error of the main diagonal and the

mutuals separately from (43)

error =

⎡
⎣−0.23% 2.20% −5.84%

1.81% −0.92% 3.36%
−5.84% 3.36% 1.12%

⎤
⎦ . (44)

The overall magnitude error when comparing it with the simu-
lated and calculated errors is 12% lower, increasing the resonant
frequency by 6%. The reason is given by numerous effects
such as unavoidable air gap, air-gap resolution, manufacturing
tolerances in manufacturing, and uncertainty in the permeability
of the material.

Fig. 26 represents the effect of the compensation of the
geometry to obtain a three-phase balanced system, showing once
again that in the case of three-phase magnetics, the central leg
must be tuned according to (23), and finally evaluating (38b)
and (34b) to obtain the desired equivalent inductances (resonant
and magnetizing, respectively).

VII. CONCLUSION

In this article, a dc–dc converter was designed, validated, and
built to fulfill the strict demands of aircraft applications. A wide
input voltage (235–285 V) and high frequency (1 MHz) with
a narrow operating frequency span (0.93–1.17 MHz) achieving
±11% in normal operation and with an output power of 1 kW.

Given that the nominal output voltage is 28 V, a high-voltage
step-down was required for which a three-phase LLC was
proposed to lessen the RMS current per device and open up the
design to three-phase transformers. In particular, the wye–delta
configuration is the one that minimizes the number of turns of
the primary leading to a smaller window and enabling the use
of PCB windings.

The method of resonant inductors in a three-phase inductor
(and a single three-phase transformer) enables the use of 65%
less copper (due to a reduced number of turns) and 60% less
ferrite (utilizing a single magnetic core) while maintaining the
same specifications.

The main nonidealities of magnetic components were ad-
dressed, including equivalent path length, fringing effect, as well
as its effect on different winding strategies in terms of losses.
The reluctance model of EE and EI cores was derived, quantified
via finite-element simulation, and experimentally demonstrated
with a 5% error allowing ZVS in the entire load range.

The system was tested for the entire input voltage range (235–
285 V) and the output voltage range (100–1000 W) obtaining a
96% maximum efficiency (power losses under 50 W).

With all the critical design features identified, a validated
concept, accurate models, and a working prototype, a smart
optimization at system and component levels can be performed.
Guidelines to model and design the system are yet to be listed
and analyzed in depth in future research work.

APPENDIX A
RELUCTANCE MODEL OF AN EE CORE

A significant aspect that requires careful consideration is the
design of magnetic core structure. In particular, the transformer
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Fig. 27. Reluctance model. (a) Mlc calculation. (b) Mll calculation.

employs a nonsymmetrical configuration with three independent
magnetic paths corresponding to the three columns.

To this end, and to complement the magnetostatic model
detailed in Section III-A, a reluctance model is employed to
equalize the mutual inductances between columns. By analyzing
the magnetic flux distribution, a compensation technique is
introduced. This compensation involves narrowing the central
column while having two identical lateral columns, effectively
altering the magnetic paths to achieve balanced coupling.

As a result, the equivalent reluctance model ensures that
mutual inductances become equivalent in lateral-to-central and
lateral-to-lateral loops, obtaining a balanced interaction between
the phases. This optimized configuration leads to reduced power
losses, improved thermal stability, and enhanced overall effi-
ciency of the three-phase LLC resonant converter.

In this regard, Hopkinson’s law is applied for every section of
the magnetic core

Rf =
la

μ0μrAf
(45a)

Rl =
lb

μ0μrAl
, Rc =

lb
μ0μrAc

(45b)

Rg,l =
lg

μ0σlAl
, Rg,c =

lg
μ0σcAc

. (45c)

To have Mlc ≡Mll, the sum of reluctances along magnetic
paths drawn in green in Fig. 27 must be equal

2Rc +Rg,c = 2Rf + 2Rl +Rg,l (46)

resulting in the same expression as in (23)

A∗
l = Ac ·

Af

(
2
lb
μc

+
lg
σl

)

Af

(
2
lb
μc

+
lg
σc

)
− 2Ac

la
μc

. (47)
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